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Abstract—This work describes adaptive designs of decoders for
several forward error correction codes. After a brief introduction
to the corresponding code family and basic decoder architecture,
several possibilities of multi-standard implementation of such
decoders are discussed. In the first scenario, decoders capable of
decoding the codes with different parameters belonging to the
same family are introduced. The results suggest, that the hardware
overhead caused by the additional flexibility is – in most cases –
as low as 5 – 10% additional silicon footprint while the throughput
is reduced by 2 – 26 % compared to the implementation based on
the fixed code parameters. In the second scenario, reconfigurable
designs of multi-family decoders are discussed. Since some parts
of the data-path and internal memory can be reused for different
decoders, silicon area savings of more than 40 % are achievable
compared to the overall chip area costs of the individual decoder
implementation per code family. The overall usefulness of such
reconfigurable decoder designs depends on the application case,
for instance, the throughput requirements or the necessity to
process data streams encoded with different codes in parallel.
The figures reported herein summarize and extend some previous
work known from literature, as well as research carried out by
the author.

Keywords-forward error correction; FEC decoders; adaptive
decoder architectures; convolutional codes; Viterbi algorithm; Reed-
Solomon codes; turbo codes; LDPC codes; multi-standard FEC
architectures.

I. INTRODUCTION AND RELATED WORK

Most of the modern digital communication and data storage
standards enforce the use of different error correcting codes.
Since in most cases the error correction process is carried out
by the receiver – without resending or rereading the data –
these codes are usually referred to as Forward Error Correcting
(FEC) codes and the respective hard- or software units are
called FEC encoders and decoders. Since the code used in
particular storage or communication system is usually selected
in such a way that it addresses the specific noise characteristics
of the channel (memoryless vs. with memory, single vs. burst
errors etc.), the more general term channel code is often used
in the same context synonymously.

The FEC codes most widely used nowadays are belonging
to one of the following code families: convolutional codes,
Reed-Solomon (RS) codes, Low-Density Parity-Check (LDPC)
codes, and turbo codes. Some standards specify varying codes
for different data rates or combine codes from different families
within one run to address more of the specific channel properties
like cross-talk and fading improving the overall bit error rate.

Over the last few years, mobile devices got significantly more
flexible. Modern mobile phones and other wearable devices

support numerous communication interfaces providing the user
with almost unlimited connectivity. Even the low-price devices
nowadays support wireless LAN, different mobile internet
standards, and Bluetooth, just to name a few. At least some of
them rely on the same kind of FEC algorithms, although the
specific parameters like code generator polynomials, coding
rates, constraint length, block sizes, and so on may vary even
within the same standard or application. To address this issue,
adaptive Viterbi and RS decoders will be discussed below and
compared to the straight-forward implementation for the single
code instance. Such comparison will provide a glimpse of the
overhead introduced by the additional flexibility.

On the other side, some computations carried out during the
decoding process of different code families are quite similar.
In addition, some data need to be temporarily stored either
throughout the complete decoding procedure or, in case of
LDPC and turbo codes, between adjacent decoding iterations
resulting in specific memory requirements. This poses the
question, if at least some parts of the silicon dedicated to
the data-path and memory can be reused among different
standards reducing the silicon footprint and improving the
power balance compared to the straight-forward implementation
of every single decoder. This question will be addressed in
the discussion of combined Viterbi-turbo and LDPC-turbo
decoders.

The applicability and advantages of the adaptive FEC decoder
implementation depend on the use case, e.g., the necessity to
process several data streams encoded with the same code or
with different codes in parallel or the option to switch between
different data rates. This should be kept in mind during the
discussion of the different design options as will be addressed
below in more detail. In general, this contribution is the revised
and significantly extended version of the conference paper [1]
published previously by the same author.

In principle, FEC decoding algorithms can be implemented
both in software and hardware. However, given the fact that
most of them are quite computationally intensive, software-
based solutions are usually lagging behind the high throughput
requirements imposed by the majority of contemporary com-
munication and data storage standards. For instance, iterative
algorithms involved in the decoding process of turbo and LDPC
codes may require as many as 1 500 machine instructions per bit
(or even more depending on the number of decoding iterations)
[2]. Running such decoders at the data rates of several hundreds
of megabits per second requires computational power, which is
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beyond the capabilities of even most powerful microprocessors.
For this reason, the scope of this paper is limited to the
dedicated hardware architectures, i.e., direct mapping of the
FEC decoders to silicon. Alternative approaches, which are less
flexible than the software solution but still offer at least some
properties of the architectures built around the instruction set
paradigm, are Application-Specific Instruction-set Processors
(ASIP) [3][4] and Networks-on-Chip (NoC) [5]. These are
beyond the scope of this contribution. A comprehensive
overview concerning the scalability issues and multi-standard
capabilities of different FEC decoders is provided in [2][6][7].
Based upon these studies, some of the results are re-evaluated,
supported by new findings and extended herein.

The rest of this paper is organized as follows. Section II
introduces an adaptive implementation of the Viterbi decoder
and compares several designs known from literature. In
Section III, the additional costs of a reconfigurable design for
a Reed-Solomon decoder compared to the appropriate single-
code implementation are discussed. Section IV summarizes
the general options of combining decoders for different code
families within one design and analyzes the architectures of
reconfigurable Viterbi-turbo and LDPC-turbo decoders in more
detail. In Section V, architectures of all presented decoder
families are briefly reviewed. Finally, Section VI provides a
summary of this work and draws some conclusions concern-
ing adaptive and multi-family FEC decoder implementation
showing some directions for future research.

The discussion of every code family starts with the descrip-
tion of the key aspects relevant for the decoder implementation.
For the readers interested in more detailed theoretical back-
ground, some references are provided where appropriate.

II. VITERBI DECODERS

Convolutional codes were introduced in 1955 [8] and became
one the most widely applied FEC code family. The following
subsections describe the structure and the parameters of the
code as well as the mapping of the decoding algorithm to
hardware finishing with the discussion of the additional costs
imposed by an adaptive implementation.

A. Code Structure

Convolutional encoder passes the incoming data stream
through a shift register. The input of the first storage element
as well as the outputs of several storage elements of this
shift register are combined using an XOR operator. Particular
XOR operators are selected to produce the output data streams.
The number of delay stages in the shift register including
the input of the first delay stage is referred to as constraint
length K. Larger K values provide better error correction
capabilities (at the cost of the increasing decoder complexity).
Constraint lengths between 5 and 11 are common in real-world
applications.

If the encoder does not have any feedback structures, i.e., no
outputs of the delay stages are fed back to the input via XOR
operators, it is called non-recursive. Such convolutional encoder
can be seen as Finite Impulse Response (FIR) filter. The output

1D

C1>
1D

C1>

m 1 x x2

Clk R1 R0

g1(x) = x + x2 = 0112 = 38
g2(x) = 1 + x + x2 = 1112 = 78

c1

c2

Figure 1. Simple convolutional encoder (non-recursive, non-systematic).

is the discrete convolution of the input data with the impulse
responses (one for every output stream) of this FIR in the time
domain, hence the name of the code [9, pp. 455 – 456]. In
almost all applications of the non-recursive codes, the original
input does not appear in the encoded message. In terms of
the coding theory such code is classified as non-systematic.
Recursive systematic convolutional codes will be discussed in
the Subsection IV-A in the context of the turbo codes.

The number n of the output data streams defines the code
rate R = 1/n. For the codes used in most communication
standards 2 to 4 output bits are produced for every input bit,
thus the code rate R lies between 1/2 and 1/4. Depending
on the required error correction performance, it is possible to
adapt the code rate 1/n of the initial code (called mother code)
to different values by puncturing, i.e., removing some encoded
bits before transmission and replacing them afterwards with
dummy bits at the receiver before decoding. Higher code rates
reduce the performance of the code.

The particular codes differ depending on which bits from
the sequence stored in the shift register are involved in the
XOR calculation. This information is provided in the form of
the so-called generator polynomials g, one for every output.
Figure 1 shows an example of a simple convolutional encoder
with K = 3, R = 1/2, g1 = 011 and g2 = 111. As can
be seen, the generator polynomials are often specified by the
binary or octal representation of their coefficients. The encoder
is a Finite-State Machine (FSM) whose output depends on g.
Recording all possible state transitions of this FSM over time
creates a directed graph called trellis diagram. As illustrated
in Figure 2 (for the code produced by the encoder in Figure 1),
every input sequence corresponds to the unique path through
this graph, while every state transition on this path generates
one output symbol. Since the decoder only sees the output
sequence, while the input sequence and the corresponding state
transitions remains inaccessible, the underlying abstraction is
called Hidden Markov Model (HMM).

B. Decoding Algorithm

The decoding process is based on the maximum-likelihood
(MLL) principle. The decoder’s task is to find the state
transition sequence which the encoder FSM most likely
underwent, based on its output sequence, which in most cases
is corrupted by noise during the transmission. Afterwards, the
state transitions can be mapped to the corresponding input data
sequence restoring the original message. In graph theory, this
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Figure 2. Trellis diagram.
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Figure 3. Top view architecture of the Viterbi decoder.
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Figure 4. Branch metric example.

problem can be framed as finding the path through the trellis
diagram that minimizes the cumulative error metric.

The most widely used decoding algorithm for convolutional
codes was introduces in 1967 by Andrew Viterbi and is based
on dynamic programming [10]. As shown in Figure 3, a Viterbi
decoder consists of the three major parts, which are executed
consecutively and are called branch metric calculation, path
metric calculation, and trace-back.

In the first stage of the decoding process, every received
symbol is compared to all legal output symbols of the encoder.
The result is called Branch Metric (BM). In the simplest case of
the so-called hard-input decoding, where every input symbol
to the decoder is considered to be n bits wide, BM is the
Hamming distance as shown in Figure 4 for the case n = 2.
However, after the modulation and analog-digital conversion
every bit composing any code symbol is mapped to an integer
number represented by several bits. This case is referred to as
soft-input decoding with the input bit-width b (resulting in b×n
bits per code symbol). Table I shows different representation

TABLE I. INPUT FORMATS FOR SOFT-INPUT DECODING WITH b = 3.

Two’s Signed UnsignedInterpretation
complement magnitude magnitude

Strongest 0 011 011 000
010 010 001
001 001 010

Weakest 0 000 000 011
Weakest 1 111 100 100

110 101 101
101 110 110

Strongest 1 100 111 111

c1

c2

BM(00) BM(01)

BM(10) BM(11)

(a) Hard-input (Hamming distance) [11]

7

7

c1

c2

BM(0,7)

BM(7,7)

BM(7,0)

BM(0,0)

(b) Soft-input for b = 3 (Manhat-
tan distance, unsigned magnitude)

Figure 5. Branch metric computation.

conventions for soft-bits. Note that independent of the format,
hard-input symbols can be generated from the soft-inputs
by keeping the Most Significant Bit (MSB) and removing
the rest. Soft-input decoding provides better error correction
performance at the cost of implementation complexity. For
example, other measures like Manhattan or (squared) Euclidean
distance are needed to represent the branch metrics. The number
of BM values to be calculated per received symbol depends on
the code rate, since every additional output bit at the encoder
doubles the number of legal output symbols, and the decoder
must compare each received symbol against all 2n possibilities.
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PMt+1(10) = min (PMt(00) +BM(x, (0, 1)), PMt(01) +BM(x, (1, 0)))
PMt+1(11) = min (PMt(10) +BM(x, (1, 0)), PMt(11) +BM(x, (0, 1)))

Figure 6. Path metric calculation.

Figure 5 shows the branch metric calculation for hard- and
soft-input decoding.

In the second stage, branch metrics are used to calculate
the Path Metrics (PM). One PM needs to be calculated for
every state of the encoder. All path metrics are set to zero
in the beginning and updated with every processed symbol.
The corresponding operation is called Add-Compare-Select
(ACS) and is the computational core of the decoding process.
Every ACS unit consists of two adders, one comparator and
one multiplexer. In addition, one register is required per unit to
store the actual PM value. As the number of ACS units is equal
to the number of states of the encoder, it can be calculated
as 2K−1, i.e., it increases exponentially with the constraint
length of the code. The result of the ACS calculation is the new
path metric and the binary decision, which state transition the
encoder underwent while the corresponding output symbol was
generated. This decision is stored for every processed symbol
and every ACS unit in form of a single bit called decision
bit. The decision bits accumulated over time represent several
paths through the possible state transition sequences of the
encoder with every path corresponding to the certain input
sequence. At the same time, the actual path metric of every
state stores the cumulative error of the current path leading
to this state as the sum of single BM values calculated in the
previous stage. Figure 6 illustrates the path metric calculation
for the code produced by the encoder in Figure 1.

With every processed symbol, new BM values are added
to the actual PM values, thus path metrics are monotonically
increasing, requiring normalization since the bit-width of the
registers storing the actual values is limited. This can be
achieved by shifting every PM to the right by one or more

M1[p − 1]=MSB

M2[p − 1]=MSB

p − 1

PMx(t)

BMn(t)

BMm(t)

PMy (t)
D

(decision bit)

M1[p − 2 ... 0]

M2[p − 2 ... 0]
p − 1

PMz(t + 1)

M2

M1

>

+

+
p

p

p

p

p

p

p

1

0

Figure 7. ACS unit with modulo-based normalization (adapted from [13]).

bits once any PM reaches the maximum value representable
within the reserved bit-width, thus avoiding overflow. The more
efficient approach, however, is based on modulo normalization.
The comparison operation within the ACS unit calculates the
difference between two sums of a path metric with a branch
metric. It can be proven, that this difference has the upper
bound determined by the input bit-width, the constraint length,
and the coding rate [12][13]:

Pmax =
(
2b − 1

)
· K
R
. (1)

The essence of the modulo normalization is setting the bit-
width p for the PM representation to ⌈log2(2 · Pmax)⌉ =
⌈log2(Pmax) + 1⌉. By doing this, the overflow can be ignored.
Instead, the result of the comparison is inverted, if the
MSBs of the compared values differ (which means that the
smaller value underwent an overflow and is actually greater).
Hardware implementation of the ACS unit with modulo-based
normalization logic is shown in Figure 7.

The final stage of the Viterbi decoding algorithm is called
trace-back. During this stage the decision bits produced by the
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Figure 8. Trace-back by register exchange.

preceding PM calculation are used to follow the path with the
smallest cumulative error from the current state back to the
initial state of the decoder. It can be shown that under normal
conditions all paths through the trellis merge to a single one
after a certain number of steps which is called Trace-Back
Depth (TBD). This path represents the most probable sequence
of the encoder’s state transitions. As a consequence, decoder
needs to store the decision bits for at least the number of
symbols equal to TBD. The exact value of the TBD depends
on the channel conditions. For Additive White Gaussian Noise
(AGWN) channels TBD values of 5 × K are sufficient, but
they may be higher than 20×K for channels with fading and
multi-path propagation.

The most obvious implementation of the trace-back step is
to map the trellis diagram to hardware directly in form of the
network of storage elements connected by multiplexers. This
approach is called register exchange and is depicted in the
Figure 8 for the trellis diagram shown in the Figure 2. If the
number of trace-back stages is large enough and the channel
conditions do not overstress the error correction performance
of the code, all Sx outputs of the last stage should be the same
after at most TBD clock cycles, so any of these outputs can
be used as the decoded message.

The major disadvantage of the register exchange approach
is its power inefficiency for higher values of the constraint
length. In the extreme case of K = 11 on a multi-path channel,
decoding of one single bit would require more than 200 000
accesses to the storage elements. Even for smaller K values and
under the assumption that not every flipflop changes its value
at every clock cycle, the power consumption remains quite
high. For this reason, memory-based trace-back techniques are
used in most real-world Viterbi decoders for K > 3.

Given the fact that one decision bit is produced by every ACS
unit, the memory capacity for a single trace-back run equals to
TBD×2K−1. As the decision bits cannot be overwritten during
the trace-back, this amount needs to be at least doubled. Many
Viterbi decoder implementations use three memory banks: one
for storing the actual decision bits, one for merging the different
paths to the single one determining the starting point for the
decoding, and one for reading the decoded bits starting with
the state from the merging step. As soon as one iteration is
completed, i.e., one memory bank was completely read of
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Figure 9. Trace forward unit (adapted from [14]).

written, the banks change their roles. This approach requires
the memory capacity of 3 × TBD × 2K−1. However, it has
been shown that the merging step can be replaced by the single
stage using 2K−1 registers of K−1 bits connected by a simple
multiplexer network. This technique is called trace forward
and allows to save one memory bank reducing the overall
memory capacity to 2× TBD× 2K−1 [14]. Figure 9 shows
the trace-forward hardware for K = 3 (note that every register
is K − 1 = 3− 1 = 2 bits wide). After TBD decoding steps
the output S(t+TBD) provides the bit pattern, which encodes
the starting state for the actual trace-back run.

As already mentioned, the decision bits corresponding to the
most probable path are traversed in the reverse order during the
trace-back. Thus, the corresponding decoded input bits must be
stored in a Last-In First-Out (LIFO) buffer. This LIFO memory
is finally read to produce the decoded input sequence in the
right order (which, in optimal case, will be the same as the
original input to the encoder).

C. Adaptive Implementation

Table II summarizes some applications of convolutional
codes in different communication standards. As already men-
tioned, even within a single standard code parameters may
vary. While a Viterbi decoder for a specific convolutional code
has fixed design parameters like the number of the BM and
the ACS units, TBD, and so on, it is quite different in the
case of the adaptive decoder. Concerning the most settings, the
decoder must be dimensioned for the worst case, for instance,
the largest value of the trace-back depth or the number of
quantization levels for the soft-bit input.

As the decoder should be capable of processing both hard-
and soft-input bits, the first design decision is the maximum
input bit-width. As has been shown by previous research,
increasing the soft-bit resolution beyond 5 bits has almost
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TABLE II. CONVOLUTIONAL CODES IN DIGITAL COMMUNICATION SYSTEMS.

Constraint Code rate RStandard
length K

Generator polynomials
(mother code)

IEEE 802.11a/g/n (wireless LAN) 7 g1 = 1338, g2 = 1718 1/2
ECMA-368 (wireless USB) 7 g1 = 1338, g2 = 1658, g3 = 1718 1/3
DAB (Digital Audio Broadcasting) 7 g1 = g4 = 1338, g2 = 1718, g3 = 1458 1/4
DVB (Digital Video Broadcasting),
CCSDS 131.0-B (Space Data Systems, telemetry)

7 g1 = 1718, g2 = 1338 1/2

g1 = 5618, g2 = 7538 1/2UMTS (Universal Mobile Telecommunications System) 9
g1 = 5578, g2 = 6638, g3 = 7718 1/3

WiMAX (Worldwide interoperability for Microwave Access) 7 g1 = 1718, g2 = 1338 1/2
g1 = 318, g2 = 338 1/2GSM (Global System for Mobile Communications) 5

g1 = 338, g2 = 258, g3 = 378 1/3
CDMA2000 (Code Division Multiple Access) 11 g1 = 46568, g2 = 47268, g3 = 55628, g4 = 63728 1/4

g1 = 318, g2 = 278 1/2
g1 = 258, g2 = 338, g3 = 378 1/3

GMR-1 (GEO Mobile Radio interface), satellite phone
5

g1 = 318, g2 = 278, g3 = 258, g4 = 378 1/4
g1 = 258, g2 = 338, g3 = 378, g4 = 358, g5 = 278 1/5

7 g1 = 1338, g2 = 1718 1/2
6 g1 = 458, g2 = 558, g3 = 738, g4 = 778 1/4

GMPRS (GEO Mobile Packet Radio Service), g1 = 4358, g2 = 6578 1/2
in addition to GMR-1 9 g1 = 7558, g2 = 6338, g3 = 4438 1/3

g1 = 6718, g2 = 6458, g3 = 4738, g4 = 5378 1/4

0 1 2 3 4 5 6 7 8

Eb/N0 in dB
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1 bit/symbol

2 bits/symbol

3 bits/symbol

4 bits/symbol

5 bits/symbol

6 bits/symbol

Figure 10. Effect of increasing the input bit width of a Viterbi decoder on
BER (adapted from [11]).

no impact on the Bit Error Ratio (BER) [11]. Figure 10
summarizes the corresponding dependencies. According to
these findings, the b parameter will be limited to the range
from 1 (hard-input) to 5. To unify the BM calculation, the
input is converted to the unsigned magnitude format. The
corresponding circuit is shown in Figure 11. Depending on the
value of the sing and comp inputs, the soft-bits are considered
to be in the two’s complement (sign = 0, comp = 1), signed
magnitude (sign = 1, comp = 0) or unsigned magnitude
(sign = comp) format (see Table I for explanation). The output
always represents a corresponding unsigned magnitude value.
Note that the size of the converter circuit does not depend on
any other code parameter except the input bit-width, so for
the fixed b value it remains constant and introduces almost no
overhead to the overall silicon footprint. If the input bit-width
is less than 5, then the corresponding bits are padded with
zeros.
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Figure 11. Unsigned magnitude input converter (c(i)x ist the ith bit of the
input symbol cx)

The number of BM values depends on the code rate R and
is equal to 2n. For instance, if the decoder should be able to
decode any code up to R = 1/5, 32 branch metrics need to be
calculated. For this purpose the circuit shown in Figure 5b can
be scaled accordingly, while the constant values have to be
adapted to the input bit-width b, e.g., 16 in case of b = 4 or 32
in case of b = 5. For other metrics than Manhattan distance, the
data path has to be slightly extended. For instance, calculating
squared Euclidean distance require an additional multiplier or
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Figure 12. Butterfly structure of the path metric calculation. Comparators are
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a Look-Up-Table (LUT) per symbol. Again, once dimensioned
for the lowest code rate (the largest value of n), the silicon
area required to implement the adaptable branch metric unit
does not change with any other code parameter.

The design of an adaptable ACS unit is determined be the
number of codes with different generator polynomials as well
as the maximal constraint length. For K = 11, the number of
ACS calculations per decoded bit is equal to 1024. Mapping
all of them to hardware so that the decoder will be able to
achieve maximal degree of parallelism would require far too
much silicon area. A reasonable approach is to implement 256
ACS units, so that all codes up to K = 9 can be decoded
fully parallel, while for K = 10 and K = 11 two or four
clock cycles are required to decode a single bit, respectively.
Considering current CMOS technology nodes, even using this
time-multiplexed mode for higher constraint lengths provides
throughputs of several hundreds of megabits per second, which
should be enough for most applications.

Changing the generator polynomials of the code does not
affect the stage transitions of the encoder. In fact, due to the
binary nature of the input, every state has two predecessors and
two successor states while the edges connecting these states
are following the same pattern, independent of the number
of states. Figure 12 shows how these patterns can be used to
combine pairs of states within the so-called butterfly structure.
If generator polynomials are replaced by the new ones, the
encoder, however, produces different output, since different
bits (compared to the initial code) are passed to the XOR
gates. Table III indicates how the output symbols produced by
the same state transition change, if the generator polynomial
g1 = 011 of the encoder represented in Figure 1 is replaced
by g1 = 101 (while g2 remains the same). Consequently,
every new set of generator polynomials requires a different
interconnect pattern between the branch metrics and the inputs
of the butterfly units.

Figure 13 shows the ACS calculation unit for a decoder
capable of decoding the output produced by the encoder in
Figure 1, as well as the code generated by g1 = 101 and
g2 = 111. While for each particular code the interconnect
between the BM calculation outputs and PM calculation inputs
is fixed, the adaptive decoder needs to switch between two
different patterns depending on the code to be decoded. This
functionality is realized by the multiplexers placed at the inputs

TABLE III. OUTPUT OF DIFFERENT CONVOLUTIONAL ENCODERS WITH
K = 3.

Output c1c2 for g2 = 111 andState transition
g1 = 011 g1 = 101

00 → 00 00 00
00 → 10 01 11
01 → 00 11 11
01 → 10 10 00
10 → 01 11 01
10 → 11 10 10
11 → 01 00 10
11 → 11 01 01
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Figure 13. Path metric calculation for a reconfigurable Viterbi decoder.

of the particular ACS units. If the decoder has to process codes
with different constraint lengths, some additional flexibility
is required in the connections between the registers storing
the actual PM values and the inputs of the ACS units as well.
However, if the ACS units are grouped to the butterflies as
shown above, the interconnect between them show a very
regular pattern, so the overall area overhead is limited. Still,
with larger number of different polynomials and larger values
of the constraint length more and larger multiplexers at the
inputs of the adaptive PM calculation unit are required reducing
the clock frequency and throughput. A detailed design of the
interconnect network for an adaptable Viterbi decoder including
the particular interconnect patterns for different settings is
described in [15].

In general, varying the constraint length and/or the generator
polynomials has the strongest impact on the additional chip area
and the critical path of the decoder. For the trace-back stage, the
memory capacity has to be calculated for the worst case, i.e., the
largest K and TBD values. In addition, the addressing scheme
has to be adapted to every single case, which imposes the
need for programmable address counters. Compared to other
modifications this overhead is almost negligible. Figure 14
shows the trace-back unit of the reconfigurable Viterbi decoder
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and reset signals omitted for the sake of clarity.

for variable values of the constraint length. The building blocks
affected by the reconfigurable nature of the design are shaded.
In principle, the address generators could be dimensioned for
the worst case, just like the memories. However, larger TBD
increases the latency of the decoder, which would mean an
unnecessary overhead for smaller K values. At the same time,
making the address generators pre-loadable and scalable adds
almost nothing to the overall silicon footprint of the decoder.

The trace forward block discussed in the previous subsection
needs to be dimensioned for the largest K value, while
superfluous registers are bypassed when decoding codes with
smaller constraint lengths. Again, some additional multiplexers
are needed to implement this feature. Since trace forward unit
is not on the critical path of the decoder, it does not introduce
a major burden. One memory block is used to store the actual
decision bits (write access) while the other is used to trace
back the decision bits from the previous cycle (read access).
The memories swap their roles after one cycle is completed,
which explains the need for the multiplexer at their read ports.

Table IV summarizes the area and timing figures of different
adaptable Viterbi decoder designs known from literature
[16][17][18]. The major findings can be generalized as follows:

• The overhead increases with the degree of flexibility.
The Viterbi decoders designed to support a (small) fixed
amount of codes introduce the least – in some cases
even negligible – overhead. In contrast, the full flexibility
regarding the constraint length, the code rate as well as the
generator polynomials requires up to 50 % more silicon
area and reduces the throughput by about 26 %. Although
looking diminishing at the first glance, it may still be
quite a good price to pay considering the alternative of
implementing a dedicated decoder for every single code.

• Varying the constraint length K has the highest impact
on the area overhead of the adaptive Viterbi decoder

TABLE IV. COMPARISON OF ADAPTABLE AND SINGLE-CODE VITERBI
DECODERS.

Architecture Metric Reference Result
silicon[16] K = 3 . . . 7,
area

K = 7, g fixed +2, 9%
g variable, b fixed

throughput K = 7, g fixed −1, 5%
silicon K = 9,VITURBO [17]
area g variable

+9%
K = 3 . . . 9,

max. clock K = 9,g variable, b fixed
frequency g variable

−30%

[18] K ∈ {7, 9}, silicon K = 9, g fixed overhead is
g according to area (CDMA2000) negligible
EDGE, CMDA2000 critical K = 9, g fixed
and WCDMA, b fixed path (CDMA2000)

+4%

[7] K = 3 . . . 11, silicon K = 11, n = 4,
g variable, area b = 5, g fixed

+50, 1%

n = 2 . . . 4, K = 11, n = 4,
b = 1 . . . 5

throughput
b = 5, g fixed

−26, 1%

TABLE V. ELEMENTS OF THE FINITE FIELD GF(23) GENERATED BY
f(x) = 1 + x+ x3 IN DIFFERENT REPRESENTATIONS.

Symbolic Binary Polynomial α-polynomial
0 000 0 0 = 0 + 0 · α+ 0 · α2

α0 100 1 1 = 1 + 0 · α+ 0 · α2

α1 010 x α = 0 + 1 · α+ 0 · α2

α2 001 x2 α2 = 0 + 0 · α+ 1 · α2

α3 110 1 + x 1 + α = 1 + 1 · α+ 0 · α2

α4 011 x+ x2 α+ α2 = 0 + 1 · α+ 1 · α2

α5 111 1 + x+ x2 1 + α+ α2 = 1 + 1 · α+ 1 · α2

α6 101 1 + x2 1 + α2 = 1 + 0 · α+ 1 · α2

implementation. Two factors can be identified as being
responsible for this matter. On one hand, the number of
ACS units increases exponentially with K, which means,
the number and the size of the multiplexers required
to implement different interconnect patterns increase
accordingly. On the other hand, the TBD value grows
linearly with K, so the memory depth of the trace-back
grows accordingly. At the same time, the memory width
grows exponentially with K. These consequences become
crucial for higher values of K: the area overhead for
K = 9 is about 9 %, while for K = 11 it is more than
50%. For Viterbi decoders with smaller constraint lengths
the area overhead is almost negligible.

III. REED-SOLOMON DECODERS

The basic idea of the error-correcting linear cyclic codes,
nowadays known as the Reed-Solomon codes, can be traced
back to 1952 [19][20]. In their current form, the codes were
introduced in the seminal paper by Irving S. Reed and Gustave
Solomon, hence the name [21].

A. Code Structure

RS codes are defined over a finite field GF(qm), which
is an extension field of GF(q), where q is a prime number
and m is a natural number different from zero. All practically
applied codes are based upon q = 2, which implies that the
field size is a power of two. Every finite field is generated
by an irreducible polynomial f(x) of the degree m, whereby
the elements of the field can be themselves represented as
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Figure 15. Reed-Solomon encoder for a (7,3) code over GF(23).

polynomials of the degree m − 1 with the coefficients from
GF(q) as shown in Table V. Choosing a different polynomial
as the generator of the field results in different representation
of its elements, however, it can be shown, that all finite fields
for the fixed q und m values are isomorphic to each other [20].
If the generator polynomial of the field is primitive, its roots
(called primitive elements) can be used as the generators of the
multiplicative group of the field, i.e., every non-zero element
can be derived from any root α by raising it to consecutive
powers α0, α1, α2, . . . , αqm−2.

Binary representation of the elements of GF(2m) requires
m bits per element. This is the reason, why almost all RS
codes used in communication and storage systems are defined
over GF(28): each symbol can be encoded by exactly one byte.
In contrast to the most other code families, the error correcting
properties of the RS codes are defined symbol-wise, i.e., it does
not matter, if a single bit or any other number of bits within
one symbol are corrupted – the decoder treats it as a single
symbol error. This explains, why RS codes are very powerful
at correcting burst errors. A (255,239) RS code has the block
size of 255 bytes, with 239 bytes of original message data and
2t = 255 − 239 = 16 bytes of the checksum added during
encoding. t = 16/2 = 8 is the number of corrupted symbols
which can be corrected by the code. If 8 adjacent symbols (64
adjacent bits in the worst case) would be corrupted during the
transmission, the decoder would still be able to correct all of
them.

The general notation used to specify RS codes is (n, k),
where n is the block size and k is the original message size
before encoding (both specified in symbols of m bits width).
As stated in the example above n − k = 2t, where t is the
number of correctable symbol errors and R = k/n is the code
rate. The t parameter can be chosen depending on the required
error correction capacity of the code. Once fixed, it defines the
generator polynomial for the code, which has the degree 2t:

g(x) = g0 + g1x+ g2x
2 + . . .+ g2t−1x

2t−1 + x2t. (2)

The coefficients g0, . . . , g2t−1 are all elements of GF(2m) and
the polynomial itself is defined in such a way, that its 2t roots
correspond to the 2t consecutive powers of the single element
of GF(2m):

g(x) = (x− α) · (x− α2) · (x− α3) · . . . · (x− α2t). (3)

Although in principle any 2t consecutive powers can be chosen
to define the generator polynomial, for practical reasons, the
primitive element α = α1 of the extension field GF(qm) is

Syndrome
computation

ELP and EVP
computation

Error position
calculation

Error value
calculation

Error
correction

FIFO

r(x) m(x)

Figure 16. Top view architecture of the Reed-Solomon decoder.

m

m

rn

αi Clk

Si

Figure 17. Basic cell for the syndrome computation.

chosen as the first root in most cases (being the generator of
the multiplicative group of this field). Equation (3) follows this
convention as well.

RS codes are block-codes, i.e., they extend messages of the
fixed size k by adding n−k redundant symbols, so the encoded
information block consists of n symbols. It is possible to vary
the block size without changing the error correction capability
of the code by replacing a part of the original message by z
zeros before encoding. This z zero symbols are not transmitted.
Instead, the receiver inserts the corresponding number of zeros
before decoding, so effectively, the message size is reduced to
k − z, while the difference (n− z)− (k − z) = n− k = 2t
determining the number of errors correctable by the code
remains the same. This procedure is called shortening and the
resulting code shortened, while the original code is referred
to as mother code, just like in case of puncturing discussed in
Subsection II-A.

The encoding procedure appends the rest p(x) of the division
of the polynomial representing the original message m(x)
shifted to the left by n−k symbols by the generator polynomial:

xn−km(x) = q(x)g(x) + p(x), (4)

which is equivalent to

p(x) = xn−km(x) mod g(x). (5)

This operation can be easily carried out using feedback shift-
register as illustrated in Figure 15 for a very simple (7,3)
RS code. Note that addition and multiplication operations are
defined within the corresponding finite field (i.e., they differ
from standard arithmetic). Since the original message is not
changed by the encoding procedure, RS code is classified as
systematic in coding theory (non-systematic RS codes exist as
well but are not as widely used as their systematic counterparts).

B. Decoding Algorithm

Figure 16 shows the global architecture of the RS decoder
(r(x) and m(x) stand for received and decoded message
respectively). In a nutshell, the decoding process consists of
five consecutive steps called syndrome computation, Error
Locator Polynomial (ELP) and Error Value Polynomial (EVP)
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inputs omitted for the sake of clarity (adapted from [22]).

computation, error position calculation, error value calculation
and error correction. Compared to the rest of the decoding
algorithm, the first and the last step are rather trivial. Since
decoding requires a number of clock cycles to accomplish,
the First-In First-Out (FIFO) memory block is used to shift
the received message accordingly, so the symbols arrive at the
error correction stage at the same time as the corresponding
correction values are provided.

Given that the encoding process can be represented by
polynomial multiplication over GF(qm), it becomes clear how
transmission errors can be detected (and corrected). Since the
multiplication operation preserves the roots of the generator
polynomial, the decoder can verify the received message
by checking whether 2t consecutive powers of the primitive
element of GF(qm) are roots of the polynomial r(x). This is the
first step of the decoding process called syndrome computation.
If at least one of the syndromes is not equal to zero, then the
message was corrupted. Depending of the latency requirements,
the syndromes can be calculated sequentially or in parallel
by inserting the consecutive powers of α (elements of the
field GF(2m)) into r(x). Figure 17 (adapted from [23]) shows
the hardware used for the syndrome computation with rn
representing the nth symbol of the received message and Si

standing for the ith syndrome value.
After the syndromes are known, they are used in the next

step of the decoding process to compute the number and the
positions of the corrupted symbols. The most intuitive way to
accomplish this is – in the first iteration – to assume the number
of errors to be one and try to solve the corresponding system
of equations Λl · S⊤ = 0 based on the vector of syndrome
values S and the error locator polynomial

Λl(x) = xl ·
∏

i∈IFP

(
x− αi

)
(6)

= xl ·
(
λ0 + λ1x+ . . .+ λr−1x

r−1 + xr
)

with l as the (assumed) number of corrupted symbols, and
IFP = {i : ei ≠ 0, 0 ≤ i < n} as the set of positions of
all error values ei. For i ∈ IFP, x = αi is a root of ELP
meaning that ei ̸= 0 (ith symbol of the message is corrupted).
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Figure 19. Hardware implementation of the Chien search for a (255,239) RS
decoder. Clock and reset signals are omitted for the sake of clarity (adapted
from [24]).

Accordingly if i ̸∈ IFP, then x = αi is not a root of ELP
meaning that ei = 0 (ith symbol of the message is correct).

The solution for l = 1 indicates the position of the corrupted
symbol. In case the system of equations for a single error is not
solvable, the assumption of two corrupted symbols (l = 2) is
made resulting in a different system of equations. The process
is repeated until a solvable system of equations is found and
solved delivering the ELP coefficients λ0 . . . λl−1. This iterative
procedure of finding the number of the corrupted symbols is
called Peterson-Zierler-Gorenstein algorithm [25][26].

When ELP coefficients are known, finding the positions of
the erroneous symbols can be easily accomplished by Chien
search [27]. It checks which symbols of GF(2m) (except
zero) are roots of the Λl(x). As already mentioned, ELP
is constructed in such a way, that the equation Λl(α

i) = 0
is valid, if ith symbol of the received message is corrupted.
Consequently, the power i of every root found by the Chien
search indicates the position of one corrupted symbol.

Since RS codes work on symbols of m bits width, knowing
the error position of the symbol is not enough. An additional
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step is required to determine the error values. This can be done
by using the syndromes computed in the first step, since every
set of syndromes can be mapped to certain errors. Alternatively,
the error value polynomial

Ω(x) = 1 + e1x+ e2x
2 + . . .+ ee−1x

e−1 (7)

with ex representing the error values can be used [28]. EVP
stands in relation to the ELP and the syndrome vector via the
so-called key equation

Λ(x)S(x) mod x2t = Ω(x). (8)

Since Peterson-Zierler-Gorenstein algorithm does not scale
very well, Berlekamp-Massey algorithm is more frequently
used for the hardware implementation of the RS decoders [29].
It can be parallelized and modified to reuse the same hardware
to calculate both error location and error value polynomials
by solving the key equation. Figure 18 shows the hardware
implementation of the Berlekamp-Massey algorithm using the
so-called dual-line architecture [22]. Its detailed description,
however, would go far beyond the scope of this paper. Again,
after the coefficients of the ELP and EVP are calculated, Chien
search must be carried out to determine the error locations.
Figure 19 shows the corresponding circuit, where the notation
Cx within the basic cell means, that αx value is used for
the calculation. In parallel to the error locations the so called
formal derivative Λ′ of the ELP is calculated:

Λ′(x) =
t∑

i=1

i·λix
i−1 with i·λi = λi + λi + · · ·+ λi︸ ︷︷ ︸

i times

. (9)

Assuming that the sequence of the 2t consequtive powers of
the GF elements used as the roots of the generator polynomial
g(x) starts with α1 = α, the error values can be calculated
with Lagrange interpolation using the formal derivative and
the (already caluculated) EVP [30][31]:

ei = −Ω(α−i)

Λ′(α−i)
with α−i =

1

αi
≡ αi · α−i = 1, (10)

whereby the same basic cell as used for the Chien search can
be applied and the multiplicative inverse values α−i can be
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Figure 21. Variable-variable versus constant-variable multiplier for GF(23).

pre-calculated and stored in a LUT. This method of determining
the error values are known as Forney algorithm [28]. As can be
seen from Figure 20, which shows the corresponding hardware,
the data path resembles some of the structure used for the Chien
search. The inputs of the basic cells are now the coefficients of
the EVP (instead of ELP) and both ELP Λ(x) and its formal
derivative Λ′(x) are used as inputs.

In the final decoding step, the error values are added to the
received symbols at the calculated error positions restoring the
original message. As already mentioned, a FIFO memory is
used to make sure the right values appear at the output of the
decoder at the right time. The finite filed addition corresponds
to a bitwise XOR operation, which scales well and is trivial
from the implementation point of view.

C. Adaptive Implementation

Table VI summarizes some applications of RS codes in
different communication standards. Depending on the required
error correction performance, various finite fields, primitive
polynomials and t values are used in practice.

As can be seen from the previous subsection, decoding the
RS codes requires numerous calculations based on the finite
field arithmetic. While the finite field addition is trivial and
scales seamlessly with the bit-width m, efficient implementation
of the finite field multiplication has some issues. In an
RS decoder designed for a specific code, many of the GF-
multipliers have one constant input (variable-constant multi-
pliers). For adaptive decoding of different codes, a variable-
variable multiplier is required. The corresponding overhead is
quite high as Figure 21 illustrates for a very simple case of
GF(23). This becomes even more critical with larger values of
m. Luckily, only the multipliers involved in the syndrome and
error location computation are affected, so the impact on the
area of the whole RS decoder is limited, though not negligible.

The traditional way to implement a variable-variable GF-
multiplier is based on the polynomial modulo reduction. If the

International Journal on Advances in Systems and Measurements, vol 19 no 1 & 2, year 2026, http://www.iariajournals.org/systems_and_measurements/ 264 
 

 

2026, © Copyright by authors, Published under agreement with IARIA - www.iaria.org 

 



TABLE VI. REED-SOLOMON CODES IN DIGITAL COMMUNICATION SYSTEMS.

Standard Galois-Field Primitive polynomial f(x) (Mother) code

GF(27) x7 + x3 + 1 (128,122)ITU-T J.83 (digital cable TV, USA)
GF(28) x8 + x4 + x3 + x2 + 1 (204,188), (207,187)

ECMA-368 (wireless USB) GF(28) x8 + x4 + x3 + x2 + 1 (23,17), shortened from (255,249)
DAB (Digital Audio Broadcasting) GF(28) x8 + x4 + x3 + x2 + 1 (204,188) shortened from (255,239)
DVB (Digital Video Broadcasting) GF(28) x8 + x4 + x3 + x2 + 1 (204,188) shortened from (255,239)
DOCSIS 3.0 and 3.1 (Data Over Cable (255, k) with k = 223, 225, 227,
Service Interface Specifications)

GF(28) x8 + x4 + x3 + x2 + 1
. . . , 251, 253, also shortened

WiMAX (Worldwide interoperability for Microwave access) GF(28) x8 + x4 + x3 + x2 + 1 (255,239)
VDSL (Very high speed Digital Subscriber Line) GF(28) x8 + x4 + x3 + x2 + 1 (144,128), (240,224), and others
GSM (Global System for Mobile communications) GF(28) x8 + x4 + x3 + x2 + 1 (85,73) shortened from (255,243)
IEEE802.3bp (automotive Ethernet) GF(29) x9 + x4 + 1 (450,406)
IEEE802.3bj (100Gb/s Ethernet) GF(210) x10 + x3 + 1 (528,514), (544,514)
IEEE802.11ad (directional multi-gigabit wireless LAN) GF(28) x8 + x4 + x3 + x2 + 1 (224,208) shortened from (255,239)
GMR-1 (GEO Mobile Radio interface), satellite phone
GMPRS (GEO Mobile Packet Radio Service)

GF(24) x4 + x+ 1 (15,9)

CCSDS 131.0-B (Space Data Systems, telemetry) GF(28) x8 + x7 + x2 + x+ 1 (255,223), (255,239)

elements of the finite field are written in the polynomial form,
their product can be calculated as follows [24]:

W = A ·B =

2m−2∑

k=m

dkh
k+

m−1∑

k=0

dkh
k with dk =

k∑

i=0

aibk−i,

(11)
where ax and bx are the corresponding coefficients of the
polynomial representation of A and B. Since ax and bx are
both elements of GF(2), dk ∈ GF(2) is valid as well. Given
hk ∈ GF(2m) and m ≤ l ≤ 2m− 2, hk can be rewritten as

hk =

m−1∑

i=0

gki h
i, (12)

while gki with 0 ≤ i ≤ m − 1 is uniquely defined. Using
the substitution wk = dk +

∑2m−2
j=m djg

j
k, the product can be

rewritten as

W =

m−1∑

k=0

wkh
k, i.e., W (x) = A(x)·B(x) mod f(x) (13)

with f(x) as the generator polynomial of the finite field (not
of the RS code) [24]. Thus, finite field multiplication can be
divided into two steps: polynomial multiplication according
to the equation (11) and modulo reduction according to the
equation (13).

For GF(23), the polynomial representation of the elements
looks like A = a2α

2 + a1α+ a0 and B = b2α
2 + b1α+ b0,

so the first step delivers

A ·B = (αAb2 +Ab1)α+Ab0 = (α(a2α
2 + a1α+ a0)b2

+ (a2α
2 + a1α+ a0)b1)α+ (a2α

2 + a1α+ a0)b0

= a2b2α
4 + (a1b2 + a2b1)α

3

+ (a0b2 + a1b1 + a2b0)α
2 + (a0b1 + a1b0)α+ a0b0.

(14)

The higher powers α4 = a2 + α and α3 = α+ 1 are reduced
modulo 3 in the second step

A ·B = a2b2α
4 + (a1b2 + a2b1)α

3

+ (a0b2 + a1b1 + a2b0)α
2 + (a0b1 + a1b0)α+ a0b0

= a2b2(α
2 + α) + (a1b2 + a2b1)(α+ 1)

+ (a0b2 + a1b1 + a2b0)α
2 + (a0b1 + a1b0)α+ a0b0

= (a2b2 + a0b2 + a1b1 + a2b0)α
2

+ (a2b2 + a1b2 + a2b1 + a0b1 + a1b0)α

+ a1b2 + a2b1 + a0b0. (15)

The expression (15) reflects exactly the structure of the variable-
variable multiplier depicted in the Figure 21, where nine AND
gates represent the multiplication and eight XOR gates the
addition over GF(2). Since the polynomial multiplication and
modulo reduction have the same logic depth, a pipeline stage
can be added between them for larger values of m to improve
the clock frequency.

Although providing reasonable performance for a fixed m
value, the polynomial modulo reduction approach cannot be
applied for an adaptive architecture. Some solutions exists for
specific cases, e.g., if GF(2l) is a sub-field of GF(2k) while l
is an integer divider of k, a multiplication in GF(2k) can be
implemented by several multiplications in GF(2l) [9][32].

A better approach is based on the Montgomery reduction
[33], which uses two identical multiplier circuits to implement
a multiplication over GF(2m), while the same hardware can be
reused for the multiplication over GF(2l) for l ≤ m. Figure 22
(adapted from [34]) shows the top-view architecture of the
Montgomery multiplier with an example implementation for
GF(24). Note that mi are the (binary) coefficients of the
generator polynomial f(x) of the finite field and K(x) is a
constant for every fixed f(x). The correspondence m0 = 1 can
be used to simplify the sub-circuits which use m0 as an input.

Having a suitable GF multiplier in place, the implementation
of an adaptable RS decoder is quite straightforward. The
hardware components introduced in the Subsection III-B must
be dimensioned for the largest envisioned values of t and m.
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Solomon decoder.

For smaller values of m, corresponding bits in the symbolic
representation of the finite field elements must be filled with
zeros. The same applies to the syndrome computation when
decoding codes with smaller t parameters, i.e., the “nonexistent”
roots are set to zero in advance. Alternatively, the inactive
hardware can be used to decode one or more additional data
streams in parallel. This can be done as long as the condition

w∑

i=1

ti ≤ tmax (16)

holds (ti represents the error correction capacity of the code
for the data stream i). The corresponding architecture is shown
in Figure 23 and can, for instance, be used to decode a single
stream with t = 16 or up to four data streams encoded
using a code with t = 4. The configuration block stores the
control information to direct the data stream(s). In addition,

TABLE VII. COMPARISON OF ADAPTABLE AND SINGLE-CODE
REED-SOLOMON DECODERS.

Decoder architectureComparison
[40] [40]metric [37] [38] [39]

1st variant 2nd variant
Code n and t Universal decoder:

parameter
fixed

variable n, t, m and f(x) variable
m 8 8 1 . . . 8 1 . . . 10 1 . . . 8
t 8 1 . . . 8 1 . . . 8 1 . . . 8 1 . . . 16

Erasure
correction

no no no ≤ 16 ≤ 16

Throughput
in Gb/s

1,6 0,8 0,048 2,2 2,4

75 000 + 39 000 +Gate
21 000 34 000 44 000 35 Kbit 15 Kbitequivalents

RAM RAM

the Montgomery multipliers must be configured depending on
the chosen generator polynomials.

The last element affected by the adaptable implementation is
the FIFO memory. Since its capacity does not depend on t, it
has to be dimensioned for the largest envisioned block size and
use programmable address generators to decode smaller blocks.
The resulting overhead is almost negligible given the fact, that
– depending on the implementation – the FIFO buffer can
consume up to 75 % – 90 % of the overall chip area [35][36].

Table VII summarizes the area and throughput figures
of different RS decoder designs known from literature
[37][38][39][40]. For the adaptive decoding, n, t, and m
parameters can be changed, though in practice m is usually
kept constant, since almost all real-world RS codes are based
on m = 8 (ITU-T J.83, IEEE802.3bp, and IEEE802.3bj
standards being an exception by specifying codes based on
GF(27), GF(29), and GF(210) correspondingly). In addition,
different polynomials can be chosen as the finite field generators.
As mentioned in Subsection III-A, varying the GF generator
polynomial f(x) results in a different encoding of the particular
elements of the finite field, however, all finite fields for the
fixed values of q and m are isomorphic to each other.

The conclusions from the study of the different RS decoder
designs are as follows:

• The area overhead of the adaptive RS decoder implemen-
tation can be quite significant. Compared to the fixed-code
decoder with m = t = 8, a fully reconfigurable design can
consume about 85 % more silicon area in terms of gate
equivalents in addition to 15 KBit more SRAM. Just as in
the case of an adaptive Viterbi decoder this is still quite a
low price to pay, since the error correction capabilities are
much better and the additional erasure correcting feature
is useful in many application scenarios (erasures are errors
whose position is known in advance).

• Throughput is usually not an issue with RS decoding,
since the symbol-per-second decoding rate is multiplied
by m to obtain the bit-per-second values. For adaptive
decoding, this means that the slower clock rates, caused
by the additional overhead of the adaptive implementation,
are not significant in most cases.
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TABLE VIII. TURBO CODES IN DIGITAL COMMUNICATION SYSTEMS.

Maximum Maximum Code rate
Standard constraint block size (mother

length K (bits) code)
LTE (Long Term Evolution) 4 6 144 1/3
WiMAX (Worldwide inter-
operability for Microwave 4 4 800 1/3
access)
UMTS (universal mobile
telecommunications system)

4 5 144 1/3

CDMA2000 (Code
division multiple access)

4 20 730 1/5

EV-DO (Evolution data 4 4 096 1/3
optimized) 4 1024 1/5
DVB-RCS (digital video
broadcasting return channel 4 1 728 1/3
satellite)
DVB-RCS2 (digital video
broadcasting return channel 5 4 792 1/3
satellite, second generation)
CCSDS 131.0-B (Space
Data Systems, telemetry)

5 8 920 1/4

IV. MULTI-FAMILY DECODERS

As can be seen from the previous sections, the arithmetic
involved in the decoding of convolutional and RS codes is quite
different, which limits the possibilities of meaningful hardware
reuse. However, it may be an option to combine decoders for
the other code families within one design with Viterbi decoder
or with each other.

A. Turbo Codes

Turbo codes were introduced in 1993 [41]. The basic idea is
to use several (usually two) recursive convolutional encoders
to process the same input data. First encoder receives the data
directly, the second one gets an interleaved data stream as
illustrated in Figure 24 (adapted from [42]). The size of the
interleaver is usually in the order of several kilobits. Pseudo-
random address generators are commonly used to implement
the interleaving operation, which ensures that the same data
appears as several statistically independent messages.

In contrast to the non-recursive non-systematic encoders
discussed in the Subsection II-A, turbo encoders are usually
built based upon Recursive Systematic Codes (RSC) due to
their ability – especially if several encoders are concatenated –
to produce codewords of higher weight, which has advantages
concerning the recursive decoding procedure. The outputs of
the encoders are transmitted as parity information together with
the original message, so the resulting code is systematic. Due

pR

rk

l2

l1

γ0

−1 0 xk +1−1 0 xk +1

pR(rk | S = +1)

pR(rk | S = −1)

Figure 25. Likelihood functions for a BPSK symbols transmitted over AWGN
channel [43].

to the feedback within the data path, the RSC can be seen as
an Infinite Impulse Response (IIR) filter [9, pp. 453–454]. Just
like in case of conventional convolutional codes, puncturing
can be applied to turbo codes to change the code rate.

Table VIII summarizes some applications of the turbo codes
in different communication standards with their mother code
rates (some standards specify additional code rates, which are
not included in the table). The probably simplest explanation
of the decoding principles assumes the Binary Phase Shift
Keying (BPSK) signal sk transmitted over an AGWN channel
with noise specified as nk [2][43, Section 8.1]. The received
signal is the sum of the transmitted signal and noise

rk = sk + nk with pN(nk) =
1

σ
√
2π

· e− 1
2 ·(

nk
σ )

2

(17)

as probability density with variance σ2. The likelihood of the
received signal to have a certain value under the assumption
that sk was sent can be calculated as follows:

pR(rk | S = sk) = pN(rk − sk | S = sk)

=
1

σ
√
2π

· e−
1
2 ·
(

rk−sk
σ

)2

. (18)

Since for a BPSK signal the only possible values for sk are
+1 and −1, these likelihood functions can be easily visualised
as shown in Figure 25. A hard-decision maximum-likelihood
decoder would compare the received value xk against the
likelihoods l1 and l2 and produce the value with the higher
likelihood as the output. In other terms, such a decoder returns
+1, if xk lies on the right side of the decision threshold γ0
and −1, if xk lies to the left of γ0 [43, Section 8.1.1.2].

Turbo decoder, however, works with soft decisions (soft
output), i.e., instead of ±1, the decoded value is the likelihood
for a bit to be zero or one. A common way to represent this
likelihood is to encode the bit decision as a sign bit (MSB) and
the reliability of this decision as a magnitude. Log-Likelihood-
Ratio (LLR) is an example of a metric constructed this way
[44]:

LLRR = ln
pR(rk | S = +1)

pR(rk | S = −1)
, (19)
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Figure 26. Top view architecture of the turbo decoder [2]. Lix represent
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which is frequently used in soft-output decoding due to its
numerical advantages (no floating-point multiplicaion required).

Figure 26 shows the global structure of the turbo decoder.
The decoding is done iteratively using two decoders that process
the received data and pass their outputs to each other, with
interleaving and deinterleaving steps between them. Since
each decoder uses the soft metrics produced by the other
(called a-priori information Ayx) as an own input and produces
soft output decisions (called extrinsic bits Lex) itself, the
corresponding process is called Soft-Input Soft-Output (SISO)
decoding.

In contrast to the hard-decision MLL decoding, each SISO
module uses the a-priori information to improve its own
decisions, which are then passed back to the first decoder
and so on. During this process, the initial likelihood values
associated with xk are improved and shifted towards a more
reliable decision after each iteration, so that the decoding
process usually can be stopped after several iterations [43,
Subsection 8.2.5]. This feedback loop gave the name to the
code family in analogy to the turbocharger principle used in
combustion engines. In the systems with fixed maximal latency
requirements, the decoding process is stopped after several
iterations. In addition, the decoding process can be stopped, if
the results of subsequent iterations do not change (so-called
early stopping), which can be easily implemented in LLR
representation by comparing the MSBs of the corresponding
soft-decisions. In the final step, a block called a demapper
converts soft decisions into hard bits based on their probability
metrics. Since both SISO modules are identical, common
implementations of the turbo decoders often have only one
SISO block in place and reuse it in a time-multiplexing manner
as SISO1 and SISO2 (Figure 26) interchangeably to save the
silicon area.

The error-correcting capabilities of the turbo codes depend on
the constraint length and the size of the interleaver. Increasing
both parameters improve the performance but has negative
impact on the silicon footprint. As can be seen from Table VIII,
the common range for K is between 3 and 5 and for block
size between 1 and 21 kbit.

TABLE IX. LDPC CODES IN DIGITAL COMMUNICATION SYSTEMS.

Maximum
Standard block size Code rate

(bits)
IEEE 802.11n (wireless LAN) 1 944 1/2, 2/3, 3/4, 5/6
IEEE 802.11ad (WiGig,
60 GHz WLAN)

672 1/2, 3/4, 5/8, 13/16

IEEE 802.11.3c (WiGig,
60 GHz WLAN)

672 1/2, 3/4, 5/8, 7/8

IEEE 802.11ay (WiGig, 1/2, 2/3, 3/4, 5/8,
60 GHz WLAN)

1 344
5/6, 7/8, 13/16

WiMAX (Worldwide interope-
rability for Microwave Access)

2 304 1/2, 2/3, 3/4, 5/6

DVB-T2 and -S2 (Digital 1/2, 3/5, 2/3, 3/4, 4/5
Video Broadcasting 64 800 5/6 (both), 1/4, 1/3,
Terrestrial and Satellite) 2/5, 8/9, 9/10 (S2 only)
GMR (GEO mobile radio
interface, satellite phone)

11 136 1/2, 2/3, 3/4, 4/5, 9/10

GMPRS (GEO Mobile Packet
Radio Service)

8 880 1/2, 2/3, 3/4, 4/5, 9/10

IEEE 802.3an (10 Gigabit
Ethernet)

2 048 7/8

IEEE 802.22 (WRAN, Wire-
less Regional Area Networks)

480 1/2, 2/3, 3/4, 5/6

CCSDS 131.0-B (Space
Data Systems, telemetry)

8 160 1/2, 2/3, 4/5, 7/8

CCSDS 231.0-B (Space
Data Systems, telecommand)

512 1/2

B. LDPC Codes

LDPC codes were described in detail in the dissertation of
Robert Gallager in 1963 [45]. Due to the high computational
requirements of the decoding process, the first practical appli-
cations emerged more than 30 years later, when LDPC codes
were proposed as channel codes for several communication
standards (see Table IX for examples). In a nutshell, LDPC
codes are linear block codes with very large (up to several
hundreds rows and columns), very sparsely filled generator
matrix. As for other block codes, the encoding process can be
described by the vector-matrix multiplication of the message
block m by the generator matrix G producing the encoded
message c:

c = m×G. (20)

The major difference to the “normal” block codes is the
large block size (in the order of 104 . . . 105 bits) with the small
number of parity bits (i.e., number of ones in the generator
matrix), hence the name. For a systematic block code, G has
the following form

G =

(
P

... Ik

)
(21)

with P as the parity matrix and Ik as the identity matrix of
size k (the length of the message block m). Since the parity
matrix determines which message bits are involved in the
corresponding parity equations, the correctness of the received
information block of length n can be checked using the parity
check matrix H⊤ defined as

G×H⊤ = 0 with H⊤ =




In−k

· · ·
P


 . (22)
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Figure 27. Tanner graph for a (7,4) Hamming code.

If the received codeword c′ was affected by the error vector e,
the syndrome computation (multiplying c′ by H⊤) will deliver
a non-zero value:

s = c′ ×H⊤ = (c+ e)×H⊤ = (m×G+ e)×H⊤

= m× G×H⊤
︸ ︷︷ ︸
=0 see (22)

+e×H⊤ = e×H⊤. (23)

According to the equation (23), the syndrome vector depends
on the error vector, so it can be used to determine the bits
affected by noise and restore the original message. The same
principle applies to the non-systematic codes as well, though
their generator and parity check matrix do not include the
identity matrix. LDPC codes can be defined either as systematic
or non-systematic with latter being used much more often in
practice. The code rate of an LDPC code can easily be changed
by adjusting the size of G as well as by applying puncturing.

In case of linear codes, if e is a valid codeword itself, its
addition to the submitted message would result in a valid
codeword, so the decoder would not notice the problem.
However, due to the sparse filling of the generator matrix with
ones, LDPC codes have a very large code distance making the
latter case extremely unlikely to appear.

Due to the large block size, direct decoding of the received
codeword by inspecting the syndrome vector is not practical.
Instead, just like in case of turbo codes, the decoding process
is carried out in an iterative manner. Bipartite graphs known
as Tanner graphs are used to represent the parity check matrix
as shown in Figure 27 for a simple Hamming code defined by
the parity check matrix

H =




1 0 0
... 1 1 0 1

0 1 0
... 1 0 1 1

0 0 1
... 0 1 1 1


 . (24)

For a m× n generator matrix, Tanner graphs consists of two
disjoint set of nodes: C = {c0, . . . , cn−1} representing the bits
of the encoded message and P = {p0, . . . , cm−1} representing
the parity equations. A node cx ∈ C is connected to a node
py ∈ P if xth bit is involved in the yth parity check. An LDPC
code is called regular, if the weight wr of every row as well
as the weight wc of every column of its parity check matrix is
the same, i.e., the sum of ones in every row is constant and
the sum of ones in every column is constant (though wr and
wc do not have to be equal). Such a code can be characterized
by a triple (n,wc, wr).
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Figure 28. Top view architecture of the LDPC decoder [2].

The simplest way to decode the LDPC codes is to apply
Gallager’s hard decision algorithm. In the first iteration, parities
are checked to determine, which bits of the information block
are responsible for most unsatisfied parity equations. These bits
are inverted and the next iteration starts. The decoding ends,
as soon as all equations are satisfied or a certain number of
iterations is reached. For a very simple regular (16,3,4) LDPC
code with the parity check matrix

H =




1 1 1 1
... 0 0 0 0

... 0 0 0 0
... 0 0 0 0

0 0 0 0
... 1 1 1 1

... 0 0 0 0
... 0 0 0 0

0 0 0 0
... 0 0 0 0

... 1 1 1 1
... 0 0 0 0

0 0 0 0
... 0 0 0 0

... 0 0 0 0
... 1 1 1 1

1 0 0 0
... 1 0 0 0

... 1 0 0 0
... 1 0 0 0

0 1 0 0
... 0 1 0 0

... 0 1 0 0
... 0 1 0 0

0 0 1 0
... 0 0 1 0

... 0 0 1 0
... 0 0 1 0

0 0 0 1
... 0 0 0 1

... 0 0 0 1
... 0 0 0 1

1 0 0 0
... 0 1 0 0

... 0 0 1 0
... 0 0 0 1

0 1 0 0
... 0 0 1 0

... 0 0 0 1
... 1 0 0 0

0 0 1 0
... 0 0 0 1

... 1 0 0 0
... 0 1 0 0

0 0 0 1
... 1 0 0 0

... 0 1 0 0
... 0 0 1 0




(25)

this process looks as follows [20, Section 15.6].
Assume, the codeword

c′ = (1, 1, 0, 0, 1, 0, 1, 0, 0, 0, 0, 0, 0, 0, 0, 0) (26)

is received (with bits of c′ numbered in ascending order from
left to right and rows of H numbered in ascending order
from above starting with 1). After calculating c′ × H⊤ =
(0, 0, 0, 0, 0, 1, 1, 0, 1, 0, 0, 1) it becomes clear, that the parity
equations 6, 7, 9, and 12 are violated while the bits 6, 10, 11,
and 15 are involved in the most (respectively two) violated
equations. Flipping these bits results in

c′′ = (1, 1, 0, 0, 1, 1, 1, 0, 0, 1, 1, 0, 0, 0, 1, 0). (27)

After the product c′′ ×H⊤ = (0, 1, 0, 1, 0, 1, 1, 0, 1, 0, 0, 1) is
calculated once again, the parity equations 2, 4, 6, 7, 9, and
12 appear violated, with bits 6 and 15 involved in the most
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TABLE X. COMBINATION OPTIONS OF DIFFERENT DECODERS (BASED ON
DATA FROM [2]).

Decoder REED-SOLOMON VITERBI Turbo LDPC
REED-SOLOMON = − − −

VITERBI − = + −
Turbo − + = +
LDPC − − + =

equations (three each). Finally, flipping these bits results in the
codeword

c = (1, 1, 0, 0, 1, 0, 1, 0, 0, 1, 1, 0, 0, 0, 0, 0), (28)

which, according to the condition c×H⊤ = 0, was the original
message [20, p. 600].

This process can be visualized using the Tanner graph of
the code: Every parity node passes the modulo-2 sum (XOR)
of the bits involved in the corresponding parity equation to
every bit node within its network (the bit receiving the sum is
not included in its calculation). The bit nodes with the largest
amount of received ones are those violating the most parity
equations and must be flipped [43, Subsection 8.2.4.2]. Better
error correction performance is achieved by using the soft-
decision approach, which – instead of flipping bits – propagates
probabilities through the Tanner graph trying to maximize the a-
posteriori probability for every bit to satisfy all parity equations
[9, Section 15.5]. The bit probabilities based on the soft decision
are assigned to the corresponding bit nodes and sent to the
parity nodes, which use them to calculate the probabilities
that the corresponding parity equations are satisfied. These
probabilities are then sent back to the bit nodes according to
their involvement in the respective parity equations and used
to refine the initial assumptions. This procedure called belief
propagation is repeated several times and can be seen as a kind
of message passing algorithm [43, Subsection 8.2.4.4]. At the
end, either the codeword is decoded or the decoding process
stops after a fixed number of iterations without producing a
solution. As in the case of turbo codes, logarithmic metrics
like LLR can be used to represent the likelihood values, which
are converted to the hard bit decisions at the end.

Figure 28 shows the global architecture of the LDPC decoder
with soft-decision memories referred as λ, and parity node
message memories referred as Λ. The number of data paths
can be scaled according to the throughput requirements, while
the barrel shifter take care of providing the correct values for
the computation.

C. Combining Different Decoders

The conclusion from the discussion of the different decoding
algorithms in the previous sections is that advantages of multi-
family FEC decoder implementation result from memory and
data-path reuse. Table X summarizes the potential of different
combinations. As already mentioned, RS decoders have quite
different arithmetic requirements, which explains, why the first
row and the first column of the table are filled with “−” limiting
the options to Viterbi, turbo, and LDPC decoders.
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Figure 29. Chip area distribution for different FEC decoder designs (adapted
from [2]).

According to the brief description of the iterative decoding,
it should be clear that a lot of local memory is required to store
the information bits, soft decisions, and intermediate results.
Figure 29 shows the silicon area distribution between different
parts of the design for LDPC, turbo, and Viterbi decoders.
The extreme disproportion in the required silicon area between
LDPC and Viterbi decoders suggests, that a combination of
both within the same design with the goal to reuse some of the
resources does not make sense. Even if the complete Viterbi
decoder area could be reused for LDPC (which is virtually
impossible), the overall gain would sum up to less than 10 %
of the silicon footprint [2].

The SISO module required for turbo decoding usually imple-
ments the Bahl-Cocke-Jelinek-Raviv (BCJR) algorithm, which
ensures the minimal (a-posteriori) symbol error probability
[46]. BCJR is often used as a synonym for Maximum-a-
Posteriori (MAP) approach. Depending on the probability
metrics, modified versions of the same algorithm are known as
Log-MAP and Max-Log-MAP (ML-MAP) [47]. An alternative
SISO implementation is based on the Soft-Output Viterbi-
Algorithm (SOVA), which can also be used to decode the
convolutional codes. In contrast to the hard decision Viterbi
decoder, SOVA uses a different path metric, which is based on
the a-priory probabilities of the input symbols and produces a
reliability metric instead of the hard bit decision as an output
[9, Subsection 14.3.17]. The reliability could, for instance, be
based on the difference between the branch metrics of the kept
and discarded branches accumulated over the length of the
TBD. SOVA minimizes the cumulative error for a sequence
of symbols, which – unlike the BCJR approach – does not
necessary result in a minimal symbol error probability.

The difference between two algorithms is that BCJR cal-
culates both forward and backward iterations for every state
transition (following the path to the actual and succeeding
state from different directions), while Viterbi follows only one
path [48]. The BCJR algorithm assigns three values to every
state transition. For the transition from x to y (assuming x is
reached at time t), the probability of the sequence up to time
t ending at state x is first calculated by the forward iteration
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Figure 30. Combining Turbo and LDPC data-paths within a single FFU
(adapted from [50], LUT-S are Look-Up-Tables storing the approximated
logarithmic values).

of the BCJR algorithm and is commonly designated as αt(x).
Next, the probability of the future sequence from time t+ 1
to the end, given the state y at time t + 1, is calculated by
the backward iteration of the BCJR algorithm and is usually
designated as βt+1(y). Finally, the branch metric of the state
transition between x and y is calculated as γ(x, y). Since the
values of the previous iteration are required to compute the
next one, they need to be stored. The corresponding memories
are called α, β (or stake), and γ (or extrinsic), which explains
the chart legend related to the turbo decoder in Figure 29.

Using SOVA instead of BCJR increases the potential for
hardware reuse in a combined Viterbi-turbo decoder at the
cost of slightly reduced bit error ratio for the turbo decoder
compared to the SISO module based on the Max-log-MAP
algorithm. In the case of an ML-MAP BCJR implementation, at
least the adders of the Viterbi’s ACS units can be reused in the
LLR metric calculation. The same hardware can be reused for
the forward and backward computation in a time-multiplexed
manner as long as the throughput requirements are met [49].

A closer look at the internal data-path of the turbo and LDPC
decoders reveals some similarities as well. Multi-family decoder
can be built either reusing some of the LDPC data-path to
decode turbo codes [51] or vice versa [52][53]. Figure 30
illustrates how the computational steps for both decoding
algorithms can be unified within the same Flexible Functional
Unit (FFU) [50]. As in the case of multi-standard Viterbi
decoder, some additional multiplexers are required to switch
between the codes, which slightly increases the critical path.
However, significant reuse options are only valid for high-
throughput turbo decoders, which require several parallel SISO
units. Otherwise, the area percentage of the data-path compared
to the memory is almost negligible, as shown in Figure 29.
The memory reuse potential of about 10 % can be achieved
if the access bandwidths of the turbo and LDPC parts are
comparable [2].

The conclusion from the previous discussion leaves Viterbi-
turbo and LDPC-turbo designs as the only options for a multi-
family decoder implementation. Some case studies of such
designs are known from literature [2][17][49][50][54]. Table XI
summarizes the results. As expected, some portions of the data-

TABLE XI. COMPARISON OF MULTI-FAMILY FEC DECODERS.

Architecture Metric Reference Results
Viterbi-Turbo Decoders

VITURBO silicon Viterbi decoder +5 % logic
[17] area (K = 3 . . . 9) +25 % memory

silicon separate turbo and
[49] area Viterbi decoder

−14, 5%

(fully parallel) separate turbo andthroughput
Viterbi decoder

no change

silicon separate turbo and[49]
area Viterbi decoder

−28, 1%
(time-

separate turbo and same for Viterbimultiplex) throughput
Viterbi decoder 1/2 for turbo

[54] silicon area turbo decoder +20%
LDPC-Turbo Decoders

silicon separate turbo and[2]
area LDPC decoder

−10%

turbo decoder +10 . . .+ 20%
silicon LDPC decoder +15 . . .+ 20%[50]
area reused vs. separate

data-paths
−39 . . .− 42%

path and memory can be reused resulting in silicon area savings
of 10–42 %, while throughput is not affected in most cases
of the combined Viterbi-turbo decoder. If adaptable designs
are compared with a single family decoder, the overhead of
introducing an additional code family is very low. For instance,
adding the LDPC functionality to the existing turbo design
comes at only 10–20 % additional silicon area [50].

It should be noted that reusing the same hardware for dif-
ferent decoders limits the possibilities for parallel decoding of
differently encoded data streams. Depending on the throughput
requirements, either a time-multiplexed (temporal scheduling)
or a multi-data-path (spatial scheduling) solution can be applied
to address this problem. Since the application scenarios are
known in advance, these constraints can be taken into account
before the decision on the final decoder architecture is made.

V. COMPARATIVE ANALYSIS OF ADAPTIVE DECODER
ARCHITECTURES

The findings from the last three sections provide enough
data for a generalized analysis of all presented architectures.
Although it is clear that adaptive decoder implementation
comes at an additional cost, the figures vary depending on
the code family, the code parameters involved, and the degree
of flexibility.

Viterbi decoders can be enabled to decode a few additional
codes with almost negligible overhead, as long as the constraint
length is kept constant. Otherwise, the increase in the silicon
footprint and the drop in throughput can be quite high.
Generally speaking, adding several generator polynomials to an
existing architecture or changing the code rate has much less
impact on the area and performance figures than increasing
the constraint length. From an implementation perspective,
major changes in the overall decoder architecture are limited
to making the data path configurable by adding multiplexers
and inserting adaptable address generators instead of simple
counters into the trace-back stage, while the memory capacity
of the trace-back unit must be dimensioned for the worst case.
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Throughput is more severely affected compared to the other
discussed decoder families, especially if all code parameters
are variable.

Changing the generator polynomials of the code and the
underlying finite field for Reed-Solomon decoders has a much
greater impact than in the Viterbi case, as it introduces major
changes to the GF-multipliers used for syndrome and error
location computation. However, changing the degree of the
GF generator polynomial (which equals the symbol bit-width)
is even more critical. In general, the modifications required
to enable the basic RS decoder to process different codes are
much more profound. For larger block sizes, the impact on the
chip area of the overall decoder is limited, as the FIFO memory
becomes the dominating factor. Reduced clock frequency is
usually not an issue, since the decoding chain relies on symbols
composed of multiple (usually 8) bits. For very small values
of m, throughput plays a more important role. However, such
RS codes are rarely used in real-world applications.

For multi-family decoders, selecting the proper code combi-
nations is the key factor. Because the goal of such combined
implementations is to reuse parts of the data-path and memory,
adaptable Viterbi-turbo and LDPC-turbo architectures are the
only meaningful alternatives. Changes to the data-path are
comparable to the Viterbi decoder case, provided the same
decoding algorithms and likelihood metrics are used (which
may slightly degrade the BER figures). Otherwise, the potential
for sharing silicon area across different decoders is limited to
memory, which does not deliver a significant gain. Throughput
is only slightly affected – or even completely unaffected –
when multi-family decoders are compared to their single-family
counterparts. However, the throughput requirements of the
decoders should be closely matched to maximize the benefits
of a combined implementation. In general, finding the optimal
settings for a feasible multi-family decoder architecture is far
more difficult than tuning a single-family decoder to process
codes with variable parameters.

VI. CONCLUSION AND FUTURE WORK

This paper discusses several options for the adaptive FEC
decoder design. The findings based on literature study and
own research suggest that the overhead of extending a decoder
towards other codes of the same family comes at a moderate
cost. As expected, this overhead (compared to a decoder
implementation for a fixed parameter set) increases with the
amount of flexibility and code complexity, but can be justified
by the fact that separate designs per code instance are no longer
necessary in most cases.

At the same time, decoders covering several code families
can take advantage of resource sharing, reducing the overall
silicon footprint compared to a dedicated implementation of
one particular decoder per family. The potential advantages,
however, strongly depend on the use cases and the envisioned
set of standards. In particular, combining iterative decoders
with significantly different throughput requirements will not
result in noticeable area savings.

One aspect not discussed herein is the impact of the
adaptive decoder implementation on power consumption. On
one hand, reconfigurability comes at the cost of additional
area, which can lead to higher energy-per-bit figures. On the
other hand, reusing parts of the data-path and memory for
different decoding algorithms is expected to yield overall energy
savings. Supporting these assumptions with concrete metrics
is a promising direction for future research.
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